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Abstract

This thesis focuses on the investigation of novel low loss microwave & millimeter-
wave planar transmission lines using Finite-Difference Time-Domain (FDTD) method.
The advantages of these planar transmission lines are their low resistive loss at microwave
& millimeter-wave frequency bands and easy integration with microwave and millimeter-

wave circuits and components.

The FDTD method solves Maxwell’s time-dependent curl equations directly in the
time domain by converting them into finite-difference equations. These are then solved in
a time matching sequence by alternately calculating the electric and magnetic fields in an
interlaced spatial grid. The advantage of this approach is the ability to investigate any
arbitrary and inhomogeneous structure as well as obtains results efficiently.

Initially, a conventional substrate microstrip patch antenna fed by microstrip trans-
mission line is studied using the FDTD. Discrete Fourier Transform (DFT) is used to
transform voltage value from the time domain to frequency domain. The reflection coeffi-
cient Sy versus frequencies is obtained. The distribution spatial field components, at dif-
ferent time steps are computed and plotted out. The results agree well with the measured
and published results. This demonstrates that the FDTD algorithm works correctly and
well.

Next, the FDTD is extended to analyse micromachined microstrip transmission
lines. Micromachined microstrip transmission lines with thick and thin upper substrates,

as well as with the inverted micromachined microstrip transmission lines are studied.



Numerical results for the effective relative permittivity, the dielectric loss, the conductor
loss and the characteristics impedance are presented with different groove sizes. It shows
that the dielectric loss of a micromachined microstrip transmission line decreases greatly
compared with that of its conventional counterpart. The spatial electric and magnetic field
distributions in spectral domain are provided through the Discrete Fourier Transform
(DFT).

Finally, for the first time trenched and micromachined coplanar waveguide transmis-
sion lines with and without ground planes are investigated using the FDTD. The grooves
and trenches with different geometrical parameters at different positions inside the sub-
strate are analysed. Numerical results for their effective relative permittivity, dielectric
loss, conductor loss and characteristic impedance are provided. It is found that grooves
below both the central transmission line and the gaps between the conductors can reduce
the dielectric loss significantly, although the conductor loss changes little. In addition, for
the first time, the spatial electric and magnetic field component distributions in the fre-
quency domain are given. They show the mechanism of field propagation within these

novel coplanar waveguide transmission lines.
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CHAPTER 1

Introduction

Planar transmission lines are of prime importance for a variety of applications, nota-
bly those concerning monolithic microwave or millimeter-wave integrated circuits
(MMIC), millimeter-wave components and wireless communication system. The planari-
zation of transmission lines to microstrip, stripline or coplanar-waveguide form provides
great flexibility in design, reduced weight and volume, and compatibility with active
devices and radiating elements. Furthermore, modern wireless communication systems
are moving steadily to higher frequencies at millimeter-wave frequency band in order to
obtain a wide bandwidth. An important wireless communication system is the Local
Multipoint Distribution Systems (LMDS) that operates around 28 GHz. EHF satellites use
20-30 GHz. Other systems, such as point-to-point communications and collision avoid-
ance radar use frequencies from 40 GHz to 70 GHz or even higher.

However, ohmic loss, dielectric loss and dispersion in transmission systems and
active circuitry increases drastically with the increase of frequency especially at millime-
ter-wave frequencies. In addition, despite the success achieved in most MMIC, high
power has remained a challenge. The low output power of solid-state source, along with
their low impedance, is further hindered by conventional transmission line characteristics,

resulting in very low efficiency. Besides, the transitions in MMIC have loss and connec-



tions such as bondwires in chips become too inductive. Thus, looking for new transmis-
sion system configurations and chip packages become necessary.

Recently, several novel planar transmission lines including the microstrip and copla-
nar waveguide were proposed and have attracted much attention due to their excellent per-
formance over the conventional counterparts at microwave and millimeter-wave
frequency bands. In this thesis, several types of low loss planar transmission lines, such as
micromachined, inverted micromachined and trenched ones and their various characteris-

tics parameters are studied extensively.

1.1 Literature Survey

The first planar transmission line, the stripline, was introduced almost fifty years ago
and created the basis of a new and revolutionary hybrid technology which has evolved to
the monolithic one, drastically increasing operating frequencies and consequently reduc-
ing weight and volume. In a conventional transmission line, the power is propagated by
creating an RF voltage difference between two planar conductors printed on the same
(coplanar waveguides, coplanar strip lines) or opposite surface (stripline, microstrip line,
coupled strip lines) of a dielectric slab structure. In most cases, the geometry of the con-
ventional lines permits great design flexibility, tremendous reduction of the space occu-
pied by the circuit, and realization of very large scale, very high frequency applications.

The planarization of the conductors in the above transmission lines provides the

capability of integration but also generates fringing in the electromagnetic fields, leading



to unwanted radiation and dispersion, and enhanced ohmic loss and electromagnetic cou-
pling. These phenomena are frequency dependent and impose serious limitations at mil-
limeter-wave frequency range. The ability to find new geometries which reduce or
eliminate the above loss or coupling mechanism but do not affect the monolithic charac-
teristics of the line will extend the operating frequencies high into the millimeter-wave
band region and will improve circuit performance in existing applications.

A new type of monolithic planar transmission line, a microshield line appropriate for
circuit or array applications, was proposed by N. L. Dib et al. [1] in 1991. Its geometry is
shown in Fig. 1.1.1. It may be considered as the evolution of the conventional microstrip
or coplanar structures and are characterized by reducing radiation loss and electromag-
netic interference. By using membrane technology, it eliminates dielectric loss which
could be high at millimeter-wave frequencies. One of the advantages of the microshield
lines, compared with the other conventional ones such as microstrip lines or coplanar
waveguide, is the ability to operate without the need for via-holes or the use of air-bridges
for ground equalization. Specifically, by varying the size of the shielded waveguide, the
per unit length capacitance of the line can increase or decrease from the value of the corre-
sponding microstrip lines or coplanar waveguide resulting in the lower or higher values of
the characteristic impedance. The wavelength of the propagating wave in the structure is
closer to the free space wavelength or equal to it due to the membrane. Furthermore, it
radiates less than the conventional microstrip line or coplanar waveguide (CPW) and can
provide a wide range of characteristic impedances due to the many parameters for design.
The analysis method they used is the space domain integral equation method. In 1992, N.

Dib et al. [27] calculated the characteristic impedance of microshield lines using both



computational intensive point matching method (PMM) and analytical conformal map-
ping method (CMM). Their features with respect to other conventional planar transmis-
sion lines are highlighted. The effect of finite extent ground planes on the characteristics
impedance was demonstrated. It was found that small ground planes suffice to insure neg-

ligible effect on the line characteristics.

Conductor

N~

Membrane

Fig. 1.1.1 The Geometry of Microshield Line

In 1993, T. M. Weller et al. [2] provided the first experiment data on microshield
transmission line circuits using the membrane technology. Several types of microshield
circuits were fabricated and measured, including stepped-impedance filters, stubs and
transitions from grounded coplanar waveguide (GCPW) to microshield. The results
showed that the microshield structures are able to improve the performance relative to
conventional planar transmission line structures. The desirable waveguide properties were
also exhibited, including pure TEM propagation and zero dispersion in a wide single

mode frequency band, low radiation loss, zero dielectric loss and a broad range of possible



line impedance.

Linda P. Katehi et al. summarized their experimental work about the micromachined
circuits for millimeter and sub-millimeter-wave application done at the University of
Michigan in 1993 [3]. Two techniques had shown promise and had extensively used
micromachining to realize novel circuits. The first utilized a membrane-supported trans-
mission-line configuration, namely microshield line, and has the most superior perform-
ance. It is characterized by zero dielectric loss, very low radiation loss, reduced
electromagnetic interference and compatibility with conventional microstrip or coplanar
waveguide. Membrane supported transmission lines are quasi-planar configurations, in
which a pure, non-dispersive TEM wave is propagated through a two-conductor system,
embedded in a homogeneous environment. The experiment results demonstrated
extremely low propagation loss and faster wave velocities of micromachined transmission
lines than those of the conventional monolithic transmission lines up to 500 GHz. The sec-
ond technique introduced new concepts in packaging for miniaturized circuits, using inte-
grated-shielding cavities and emphasized size/volume/cost reduction. The measured data
showed that the total loss is 3 dB lower for the micromachined circuits from 10 GHz to 40
GHz due to lower parasitic radiation. Both methods can reduce ohmic loss and eliminated
electromagnetic-parasitic effects without affecting the monolithic characteristics. Operat-
ing frequencies can be thereby extended.

T. M. Weller et al. [4] examined the conductor loss and effective dielectric constant
of microshield lines and presented results on tramsitions to conventional coplanar
waveguide, right-angle bends, different stub configurations, lowpass and bandpass filters.

Experimental data as well as numerical results derived from an integral equation method



had demonstrated the performance superior to the conventional coplanar waveguide cir-
cuits as high as 40 GHz. There were clear performance difference between the microshield
line and a substrate-supported line, including larger circuit dimensions due to the low die-
lectric constant and the use of thin dielectric membrane.

In 1996, S. Robertson et al. [5] studied two types of micromachined planar transmis-
sion lines at W-Band frequencies (75 - 110 GHz): microshield line and shielded membrane
microstrip (SMM) line. In both of their structures, the conducting lines are suspended on
thin dielectric membranes. The transmission lines are essentially ‘floating’ in the air, pos-
sess negligible levels of dielectric loss and do not suffer from the parasitic effects of radia-
tion and dispersion. They tested a 90 GHz low pass filter and several 95 GHz band pass
filters and obtained excellent performance which can not be achieved with traditional sub-
strate supported circuits in CPW or microstrip configurations. In addition, finite-difference
time-domain (FDTD) method was used to verify the measured performance of the W-
Band circuits and compare the performance of membrane supported circuits and equiva-
lent substrate supported circuits. It demonstrated the ability of micromachined transmis-
sion lines to provide very high performance planar circuits at millimeter-waveband.
Consequently, it was concluded that micromachining and membrane technology are good
options to effectively eliminate dispersion, radiation loss and dielectric loss on high per-
formance millimeter-wave planar circuits.

Chen-Yu Chi et al. [29] fabricated planar microwave and millimeter-wave inductors
and capacitors suspended on the membrane over high-resistivity silicon substrates using
micromachining technologies to reduce the parasitic capacitance to ground. The resonant

frequency of a 1.2 nH and a 1.7 nH inductors have been increased from 22 GHz and 17



GHz to around 70 GHz and 50 GHz respectively. It was found the membrane inductors
and capacitor built using micromachining technologies showed much better performance
than their Silicon/GaAs counterparts.

In 1994, M. Vaughan et al. [28] studied the micromachined microstrip patch antenna
over high dielectric constant substrate, e. g. GaAs. It was reported that removing all of the
substrate underneath the patch can effectively eliminate surface waves and increases the
efficiency and directivity as well as removing the ripple in the radiation pattern. Thus, the
micromachined technology improved the radiation patterns of microstrip patch antennas.
In 1996, M. Stotz et al. [31] reported that planar aperture coupled millimeter-wave micro-

strip patch antennas on thin SiN, membranes over GaAs substrate operating at 77GHz

were fabricated and tested. Their triple patch antennas exhibited symmetrical radiation
patterns with a 10 dB mainbeam width of 38°. The method of moments in spectral domain
was used. Chen-Yu Chi et al. [32] reported stripline resonators on thin dielectric mem-

branes that showed dispersion-free, conductor-loss limited performance at 13.5 GHz, 27.3

GHz and 39.6 GHz. The unloaded-Q of the resonators increases as f''Z with frequency and
was measured to be 386 at 27 GHz. The micromachined filter made from the stripline res-
onator exhibited a passband return loss better than -15 dB and a conductor-loss limited 1.7
dB port-to-port insertion loss at 20.3 GHz.

Micromachining transmission lines were also used for self-packaged high frequency
circuits [30]. In the work done by R. F. Drayton etc. [30], they developed miniaturized
housing to shield individual passive components, active elements by employing silicon
micromachining technology. Self-packaged configurations that are fabricated in this way

can reduce the overall size and weight of a circuit and provide the isolation between



neighbour circuits. Therefore, the resulting characteristics make these micropackaged
components appropriate for high density, multilevel interconnect circuits. Delay lines, a
short-end/open-end tuning stub and stepped impedance lowpass filters were developed.
The measured data shows that the monolithic incorporation of a shielding cavity with the
circuit can improve performance.

A wide-band self-packaged 20 dB directional coupler was designed and fabricated
on a thin dielectric membrane using membrane-support transmission lines by S. Robertson
et al. 8] in 1998. The fabrication process is compatible with monolithic microwave inte-
grated circuit (MMIC) techniques and the coupler can be integrated into a planar-circuit
layout. The use of membrane-support transmission lines resulted in less than 0.5 dB inser-
tion loss in the coupler from 10 to 60 GHz. In addition, micropackaging techniques were
used to create a shield circuit which is extremely compact and lightweight.

Micromachining microstrip transmission line technologies are applied excellently
not only to the microwave and millimeter-wave components, but also to the design of low
resistive loss microstrip antennas. G. P. Gauthier et al. [33] designed, fabricated and tested
77 GHz dual-polarized microstrip antennas suspended on the Si0»/Si3;N;/Si0, membrane
over silicon wafer for automotive collision avoidance systems. The measurements indi-
cated a 2 GHz bandwidth with a -18 dB isolation between the orthogonal ports. Almost at
the same period, tapered slot antennas operating at 35 GHz were fabricated on thick ( 1.27
mm ) low relative dielectric constant ( €. = 2.2 ) substrate using micromachining technolo-
gies and were tested [34]. Several periodic hole structures were machined into the sub-

strate and the resuling antenna pattern measurements were compared. The

micromachining of the substrate improves the antenna patterns due to the reduction of the



effective dielectric constant of the substrate.
G. P. Gauthier et al. [35] applied the closely paced holes undemeath a microstrip

antenna on a high relative dielectric constant substrate ( &, = 10.8 ) to synthesize a local-
ized low relative dielectric constant environment ( &, = 2.3 ). The measured radiation effi-
ciency of a microstrip antenna on a micromachined 635-um thick & = 10.8 Duroid 6010

substrate increased from 48% to 73% at 12.8 - 13.0 GHz.

L. Papapolymerou et al. [36] proposed the use of selective lateral etching based on
micromachining techniques to enhance the performance of rectangular microstrip patch
antennas printed on high-index wafers such as Silicon, GaAs, and InP. Micromachined
patch antennas on Si substrates have shown superior performance over conventional
designs where the bandwidth and the efficiency have increased by as much as 64% and
28% respectively. In their work, the silicon material was removed laterally undemeath the
patch antenna to produce a cavity which consists of a mixture of air and substrate with
equal or unequal thicknesses. Characterization of the micromachined patch antenna
showed the improvement of bandwidth, smoother E-plane radiation patterns, higher effi-
ciency compared to the conventional patch designed on high-index materials. In addition,
the overall dimensions of the radiating element are determined by the effective dielectric
constant of the material and can range from its smallest size in a high-index material such
as silicon ( &, = 11.7 ) to its largest size in an air substrate (&, = 1 ) region.

V. M. Lubecke et al. applied micromachining technologies on terahertz applications
[37]. Their work focused on the development of antennas and frontend components which
can be integrated in large numbers for focal-plane arrays or low-cost terahertz systems.

Waveguide antennas, transmission lines and mixer block assemblies were fabricated



through various economical micromachining techniques, with performance comparable to
that of costly conventionally produced components. Micromachining is shown to provide
a low-cost alternative to expensive conventional machined-waveguide technology, result-
ing in antennas with excellent radiation patterns, low-loss tuner and three-dimensional
micromachined structures suitable for terahertz application.

W. Chamma & L. Shafai et al. [24] studied the dispersion characteristics of sus-
pended microstrip line on the segmented dielectric substrate where the dielectric permit-
tivity of the lower substrate was changed along the transverse direction using FDTD and
Method of Lines (MOL). Their results showed that propagation characteristics of this type
of transmission lines vary widely with the change of the relative dielectric constant of the
lower substrate. In 1998, N. Gupta & L. Shafai et al. [25] proposed a new inverted
grooved microstrip line structure for low loss configuration. Some simulation and experi-
mental work had been done to analyse the dispersion characteristics of this line in the fre-
quency range of 1-16 GHz. The conductor and dielectric loss were calculated and
compared with the experimental resulits.

Besides micromachining microstrip transmission lines, micromachined or trenched
coplanar waveguide transmission lines are other types of low loss transmission lines
which are important in wireless communication systems and MMIC. V. Milanovic et al.
[6] designed, fabricated and measured a new kind of micromachining coplanar waveguide
transmission lines for sensors and analog and digital integrated circuits. It was found the
absence of the lossy silicon substrate after etching results in significantly improved inser-
tion-loss characteristics, dispersion characteristics, and higher phase velocity. The meas-

urements of the waveguides both before and after micromachining performed at
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frequencies from 1 to 40 GHz using a Vector Network Analyser, showed the improvement
of the loss characteristics in orders of magnitude. For the entire range of frequencies 0~40
GHz for the 50€2 layout, the insertion loss does not exceed 4 dB/cm which are due to the
small width and thickness of the metal strips. Before etching, insertion loss are as high as
38 dB/cm because of the cumrents in the underlying substrate. Phase velocity in the
micromachined coplanar waveguide transmission lines is close to that in free space.

P. Salzenstein et al. [41] designed and fabricated coplanar waveguide transmission

lines on Si3N,4 and polyimide membranes deposited on GaAs substrates. Their on-wafer
measurements of scattering parameters up to 75 GHz for several line configurations

showed a constant phase velocity of 2.9%108 m/s and a predominance of metallic loss with
a square root frequency dependence. T. L. Willke et al. [39] introduced a new class of
three-dimensional micromachined microwave and millimeter-wave planar transmission
lines and filters using LIGA process. The LIGA process allows tall (10 um tol mm), high-
aspect ratio metal structures to be very accurately patterned and is compatible with inte-
grated circuit-fabrication processes. The tall metal transmission lines will enable the
development of high-power monolithic circuits as well as couplers and filters that require
very high coupling. Bandpass and low-pass filters fabricated using 200-pum-tall nickel
microstrip lines are demonstrated at X-band.

In 1998, K. Herrick et al. [38] designed and built Si-micromachined lines and circuit
components operated between 2-110 GHz and measured their characteristics. In these
lines, which are a finite-ground coplanar (FGC) type, Si micromachining is used to
remove the dielectric material from the aperture regions in order to reduce dispersion and

minimize propagation loss. This new class of Si micromachined lines has demonstrated
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excellent performance, ease in design and fabrication and very low cost in development
due to their ability to excite a TEM mode, operate free of parasitic parallel-plate modes
and operate without vias. Micromachined FGC lines have been used to develop V- and W-
band bandpass filters. The W-band micromachined FGC filter has shown a 0.8 dB
improvement in insertion loss at 94 GHz over a conventional FGC line. This approach
offers an excellent alternative to the membrane technology, exhibiting very low loss, no
dispersion, and mode-free operation without using membranes to support the interconnect
structure. The same group measured and evaluated state-of-the-art planar transmission
lines and vertical interconnect for use in high-density unilateral circuits for silicon and
SiGe-based monolithic high-frequency circuits [7]. Depending on the application, both
micromachined microstrip and FGC waveguide were used in highly dense circuits areas.
They had shown substantial loss reduction with minimal silicon removal in the aperture
regions. All the vertical interconnects have been fabricated on high-resistivity Si and have
demonstrated excellent performance at frequencies up to 110 GHz. In addition, the use of
silicon had allowed for the development of a variety of micromachined shapes that may
provide lower parasitic and better performance.

Low RF loss trenched coplanar waveguide (CPW) transmission line structures using
evaporated aluminium tracks on a high-resistivity (10-kQ - cm) silicon (HRS) substrate
were established experimentally and simulated using semiconductor device simulation
package with the finite-element analysis by S. Yang et al. [40] in1998. By introducing a
vertical trench in the gaps between signal transmission line and ground planes, and by DC
biasing the CPW line, RF loss can be reduced. Their experimental results showed that the

reduction of RF loss in comparison with conventional aluminium conductor CPW line
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structures may be as much as 0.5 dB /cm at 30 GHz and by proper positive DC biasing of
a CPW line on a p-type HRS substrate a further reduction ( 0.2 dB/cm ) in RF loss at 30
GHz will be achieved. The reason for the reduction of RF loss is primarily due to the
smaller substrate leakage conduction current and to the reduction in conductor loss owing
to the removal of field concentration from the vicinity of the conductor edges.

However, most of the previous work focused on experiment. Rigorous theoretical
analyse is needed in order to design low loss microwave & millimeter-wave planar trans-
mission lines, planar microwave & millimeter-wave circuits or components better and

quicker.

1.2 Purpose of this Thesis

The purpose of this thesis is to analyse the low loss microwave and millimeter-wave
planar transmission lines using the Finite-Difference Time-Domain (FDTD) method. Due
to the geometrical and material generality of FDTD method, this research will give the
following significant contributions to the area of the low loss microwave and millimeter-
wave planar transmission lines:

1. Itis the first time that some frequency-dependent parameters, such as effective rela-
tive permittivity, characteristic impedance, dielectric loss and conductor loss are offered
systematically for various groove widths or trench depths of micromachined or trenched
planar transmission lines so that wireless transmission system, antenna and MMIC design-

ers can choose appropriate data for their experimental designs at millimeter-wave fre-
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quency so that the design cycle can be reduced.
2.  The electric and magnetic fields distributions of trenched and micromachined copla-
nar waveguide transmission lines are obtained for the first time and the mechanism for
lower dielectric loss is analysed.

The organization of this thesis is: Chapter 2 deals with the FDTD theory. It presents
some factors which might influence the FDTD algorithm, such as stability, dispersion,
interface between media, absorbing boundary conditions and choice of excitation. A con-

ventional microstrip patch antenna is analyzed in Chapter 3. Its reflection coefficient Sy;

and electric field distributions in different time steps are shown. In Chapter 3, microma-
chined planar microstrip transmission lines with different groove widths are also calcu-
lated. The effective relative permittivity, dielectric loss, conductor loss and characteristic
impedance as well as electric and magnetic fields distributions in frequency domain are
given. In Chapter 4, 4 new kinds of coplanar waveguide transmission lines are studied.
They are trenched or micromachined coplanar waveguide transmission lines with or with-
out a bottom ground plane. Their characteristics of attenuation, impedance, effective rela-
tive dielectric constant as well as electric and magnetic field distributions are plotted out.

Chapter 5 is the conclusion and some suggestion for the future work.
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CHAPTER 2

FDTD Theory

The Finite-Difference Time-Domain (FDTD) originally proposed by K. S. Yee in
1966 [9] has progressed very rapidly for solving electromagnetic problems in the past dec-
ade, due to the development of high speed and large memory computers. It is also used
extensively for the analysis and design of microstrip structures at microwave and millime-
ter-wave frequencies. It offers several advantages over other methods. It can easily model
inhomogeneous structures, characterizing microstrip geometries without complex mathe-
matical formulations. As a full wave analysis method, FDTD’s another advantage is its
time-domain solution where using the time response of the problem calculated in a single
running cycle, one can obtain the frequency response over a wide frequency range using
Discrete Fourier Transformation. Also, FDTD provides an extensive volume of electric
and magnetic field components history inside the computational domain comprising the
modelled geometry.

Furthermore, using FDTD, Maxwell’s equations are discretized into both time and
spatial central finite difference equations. Knowing the initial, boundary and excitation
conditions, the fields on the nodal points of the space-time mesh can be calculated in a
leapfrog time marching manner. In 1988, X. Zhang and K. K. Mei et al. calculated the dis-

persive characteristics of microstrips and frequency-dependent characteristics of micros-
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trip discontinuities using FDTD [10-11]. They compared their results with other published
ones and verified that FDTD is a viable method for modelling microstrip components. In
1989 FDTD was first used to analyse microstrip patch antennas by A. Reineix et al. [12]
and some frequency-dependent parameters were given using FFT. In 1990, D. M. Sheen et
al. [13] presented FDTD results for various microstrip structures, including microstrip rec-
tangular patch antenna, a low-pass filter and a branch-line coupler.

Due to the advantages of FDTD aforementioned, it was applied in this research to

analyse novel low loss microwave and millimeter-wave planar transmission lines.

21 Maxwell’s Equations

The propagation of electromagnetic waves can be represented with the time-

domain Maxwell’s curl equations. They are:

VxH = ey+cE 2.1)
ot
_ _oH
VXE = = 2.2)

where E is the electric field in volt/meter; H is the magnetic field in ampere/meter; ¢ is the
electric permittivity in farad/meter; | is the magnetic permeability in henry/meter; G is the
conductivity in mhos(siemens)/meter. Assuming isotropic physical parameters, Maxwell’s

equations can be written in the rectangular coordinates as:
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2.2 FDTD Theory and Formulas

The Finite-Difference Time-Domain (FDTD) method was a direct solution of the

time-dependent Maxwell’s equations (2.1) and (2.2) in time-domain using finite-differ-
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ence technique. As the first step, the space containing the structure of interests is divided
into a number of small elements called “Yee Cells”, shown in Fig. 2.1.1. The E and H
fields in each “Yee Cell” are interleaved both in time and space. This permits the space
and time derivatives in Maxwell’s equation to be approximated by central difference oper-
ations with the second order accuracy. Six FDTD time-stepping expressions are thus
derived from Maxwell’s curl equations [9]. After applying an electromagnetic excitation
and setting initial values for all of the field components, the fields are calculated iteratively
using these finite equations as long as the response is of interest.

FDTD algorithm solves the partial differential equations (2.3) to (2.8) by first fill-

ing up the computation space with a number of “Yee” cells. One of them is shown in Fig.

2.1.1.
EY
e
E H, 4.
X e _/Z e o — Ex
P |
r—P— I
| Ey | AE, .
| I 1
' >
E 4 [ Ezf// | Hy
HA | : 4
i 0
I
! X
| Ex
S
(il jl k) Ey

Fig. 2.1.1 Relative Spatial Positions of Field Components at a “Yee” Unit Cell
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The relative spatial arrangement of the E fields and H fields on the *“Yee” cell is the
key of this algorithm, because it enables the space derivatives in equation (2.3) to (2.8) to
be approximated by central difference operations with the second order accuracy shown

from (2.9) to (2.11):

k) —¢" (i-0.5,], k)
Ax

%(im;jAy, KAz, nar) = 2 H05), +olan? @9

_ 0 (4 +05k) —¢"(i,j-05,k)

& +ol(an’] @10

ad .. .
3 (iAx, jAy, kAz, nAr)

_ 0" (i,j, k+05) —¢" (i, j, k- 0.5)
Az

g-‘g (iAx, jAy, kAz, nAp +ol(an?] @11

where ¢°(i, j, k) = ¢(iAx, jAy, kAz, nAt) is one of the six field components at the lattice
point (i, j, k) = (1Ax, jAy, kAz) at time step n, Ax, Ay and Az are the space increments in the
X, y and z direction respectively. At is the time increment.

A similar central difference scheme is also applied to the time derivatives:

n+0.5

.. n-05,, .
(i,j. k) —d (. k) o[ n?] (2.12)

00 .\ ., =0
5/ (iAx, jAy, kAz, nAt) A7

By applying the above approximations in equations (2.3) to (2.8), the system of
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partial difference equations can be transformed to the following six FDTD time-stepping

expressions:

n+05 n 0.5

H

x

(i,j+0.5,k+05) = (i,j+05, k+05) +
ﬁ(E”(i 40,5, k+1) —E(i,j+05 k))-
“.AZ y 3] -Jy y a_] s

At - .
m(Eg(t,j +1, k+0.5) ~E. (i, ], A+o.5)) (2.13)

H % (i+05.,k+05) = H" °(i+05,j,k+05) +

A . . -
"A_;(E: (l+ 1:./9 k+05) _E:([a.]s k+05) J_

ﬁ( n,. . _E" i+ . ,) 5
Az Ex(l+0.5,j,k+1) Ex(l 0.5,/, k) (2.149)

n+05 n—0.3

(1+05,/+05,k) = H, (i+05,7+05,k) +

Y (5"(,+051+1 k) — En(1+05j,k))

. 0k |
qu(E"(z Lj+05k) —E (i.j+0.5 A)J (2.15)
E N i+05,4,k) = %:;—gi;(Ex"(i+ 05, k))+
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(2.18)

Before applying these FDTD time-stepping expressions, the “Yee cells” filling up
the computational geometrical volume will be assigned with the appropriate permittivity,
permeability and conductivity values in terms of the corresponding media. Then an elec-
tromagnetic excitation and initial electric field E values are specified at t = 0.

The appearance of half time steps in equations from (2.13) to (2.18) indicates that
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E and H fields are calculated alternately. The new value of a field vector component at any
lattice point depends only on its previous values and on the previous values of the field
vector components at the adjacent points. For example, at t = 0.5At, H fields are calculated
from the knowledge of E fields at the adjacent points at t = 0 using equations from (2.13)
to (2.15). Then the new H fields values are kept for calculating E fields in the future. At
the next time step t = At, E fields are computed from the saved values of H fields at the
neighbour points at t = 0.5At using equations from (2.16) to (2.18). The updated E fields
values are saved for calculating H fields at the next time step t = 1.5At. This iteration proc-
ess continues for as long as the steady-state behavior is achieved and the response is of
interest. It is illustrated in Fig. 2.1.2. Due to the nature of the interleaved calculations of

the E & H fields, this algorithm is often referred to as the “leapfrog” scheme.

Fig. 2.1.2 The “Leapfrog” Scheme to Calculate Electromagnetic Fields

Thus, at each time step, the system of equations updating the field components is
fully explicit. The analytical expense is low and the numerical expense is high. However,
the method is efficient since it only stores the field distribution at one moment in memory
instead of working with a large system matrix. Furthermore, unlike the moment method

and the finite-element method, there is no need to solve matrix inversion.
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23 Numerical Stability

The iteration process may not converge unless the time increment At is chosen cor-
rectly. In this case, FDTD is said to be unstable. The condition for numerical stability can
be obtained by decomposing FDTD algorithm into separate time and space eigenvalue
problems and requiring that the complete spectrum of spatial eigenvalues contained within
the stable range [16]. The resulting stability criterion places an upper limitation on At as

shown below:

c, At< (2.19)

where cp,, is the maximum wave phase velocity expected within the media, including
inhomogeneous isotropic media. Equation (2.19) is also known as CFL ( Courant, Frie-
drichs and Lewy ) stability criterion. Physically, it states that the time step At must be less
than the shortest time taken for wave to travel between the adjacent cells to satisfy causal-
ity. Namely, any one of Ax, Ay, Az should be small enough to be compared to the shortest
wavelength. Generally, max(Ax, Ay, Az) should be less than A/20 [17], under which the

uncertainty in the computed field magnitude will be less than 2%.
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2.4  Numerical Dispersion

Besides numerical stability, the inherent errors of a numerical scheme are also
important. Numerical dispersion is one of the most important sources of errors in the
application of FDTD algorithm. It is caused by the fixed spatial segmentation of space into
rectangular grids, which appear different electric sizes for waves of different frequency.
Consequently, this dispersion causes the phase and group velocities to be dependent on
frequencies. Hence, an electromagnetic pulse will distort when passing through FDTD
grids. A detail analysis of this phenomena was reported by A. Taflove [26][18].

In a homogeneous medium, the numerical dispersion during FDTD computation
can be reduced to any desired degree if only FDTD grids are fine enough. The pulse dis-
tortion can be limited by obtaining the Fourier spatial frequency spectrum of the desired
pulse and selecting a grid cell size such that the principle spectral components are resolved
with 10-20 cells per wavelength. Such grid division will limit the spread of numerical
phase velocities of the principle spectral components to less than 1%, regardless of the

wave propagation angle in the grid.

2.5  Interface Between Media
FDTD time-stepping algorithm (2.13) to (2.18) are suitable for most media

encountered in microwave engineering. However, special care must be taken when calcu-

lating the fields lying between two different media. Generally, there are two types of cases
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that need to be considered. One is the interface between dielectric and conductor and the
other is the interface between two different types of dielectric materials. First of all, it is
assumed that the material boundaries will always lie on a plane defined by two tangential
E fields and one normal H field. Namely, all the media interfaces coincide with the edge of
the “Yee Cells™.

The interface between a dielectric and a conductor can be handled by simply
assigning all fields on the boundary, i.e. the components of the electric field parallel to and
the component of the magnetic field perpendicular to the boundary, constantly tc zero.
This is similar to the “Electric Walls” boundary conditions often encountered in solving
electromagnetic problems.

For the interface between two types of dielectric material, including dielectric and
dielectric, dielectric and the air, the standard FDTD expressions can still be used to calcu-
late the normal component of H since the value of | doesn’t change across the interface of
two different dielectric. Nevertheless, the tangential E fields lying on the boundary must
be calculated using different FDTD expressions. Supposing that there is an interface plane
lying in the y-z plane between two different dielectric materials with parameters (G}, €;)

and (G, &) respectively, it can be shown that the E, and E, can be expressed in the fol-

lowing equations [11]:

o, +o0, g, +¢g, aEy oH_ AH,
+ T o o cem——
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These equations are derived from the field continuity conditions across the boundary as
given in Appendix A. After discretizing (2.20) and (2.21) using the usual difference cen-
tral scheme, the resulting expressions are of the same form as equations (2.17) and (2.18)
except that the average values of the parameters of the media are used. As a result, the
interfaces between different dielectric materials in the FDTD simulation are handled by

substituting the average values for the parameters of the materials involved.

2.6  Absorbing Boundary Conditions

A basic consideration with the FDTD approach to solve electromagnetic wave
interaction problems is that many geometries of interest are defined in “open” regions
where the spatial domain of the computed field is unbounded in one or more coordinate
directions. Obviously, no computer can store an unlimited amount of data and therefore
the field computation domain must be truncated in size. The computation domain must be
large enough to enclose the structure of interest, and a suitable boundary condition on the
outer perimeter of the domain must be used to simulate its extension to infinite. Depend-
ing on their theoretical basis, the outer grid boundary conditions can be called either radi-
ation boundary conditions (RBC) or absorbing boundary condition (ABC).

ABCs can not be obtained directly from the numerical algoritims for Maxwell’s
curl equations expressed by the finite-difference time-domain formulas from (2.13) to

(2.18). It’s mainly because these formulas employ a central spatial difference scheme that
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requires the knowledge of the field one-half space cell to each side of the observation
point. Central difference can not be implemented at the outmost lattice points, since by
definition there is no information concerning the fields at points one-half space cell out-
side of these points. Although backward finite differences could conceivably be used,
these are generally of lower accuracy for a given space discretization and have apparently
not been used in the major FDTD algorithm.

There have been many ABCs until now along with the extensive use of FDTD.
The quest for a new ABC that produces negligible reflections has been and continues to be
an active area of FDTD research. Most of the popular ABCs can be grouped into those
that are derived from differential equations and those that employ a material absorber. Dif-
ferential-based ABCs are generally obtained by factoring the wave equation, and by
allowing a solution which permits only outgoing waves. These ABCs include Engquist
and Madja ABC, Liao ABC, Mur ABC [19] etc.. Material-based ABCs, on the other hand,
are constructed so that fields are dampened as they propagate into an absorbing medium.
Berenger’s PML ABC belongs to this category [20]. Other techniques sometimes used are
exact formulations and superabsorption, for example, Mei-Fang Superabsorption is a kind
of error cancellation method [21].

Partial differential equations that permit wave propagation only in certain direc-
tions are called one-way wave equations. The most popular form of these equations are
derived by Engquist and Majda [22] and has been used to solve numerical electromagnetic
problems. In their derivations, the ABC is obtained from the approximation of pseudo-dif-
ference operators which result from factoring the wave equations. The scalar wave equa-

tion in rectangular coordinates is:
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is a partial differential operator which can be factored in the following way {23]:

LU=L LU (2.25)

with L™ defined as:

L~ =D D’l Dyt _{eb: ] 2.26
T ey D, ) D, (2.26)

The definition L™ is similar except a position sign is used after the first term.

It has been shown that the application of L to the function U at a planar boundary

at x = 0, will completely absorb plane waves travelling in the -x direction independent of

the incident angles [22]. The L operator produces the same effect for a plane wave prop-
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agating in the x direction and at a boundary x = +xg.

LY and L are classified as pseudo-differential operators for the inclusion of
square-root functions in their definition which makes the direct numerical implementa-
tions of these operators impossible. In actual application, the square-root function (2.26) is
often approximated using the Taylor series expansions as follows.

One term approximation is given in (2.27):

cD,\* (cD.)
1- Fr - ——'5[- = | 2.27)

D 2 D 12 D \2 2
- HlEZ(F]]T e

Substituting (2.27) or (2.28) into (2.26), then the first and second order ABCs for absorb-
ing waves travelling in the -x direction are obtained. The first and second order ABC are

given in (2.29) and (2.30) respectively.

U 13U _
3% 23; (2.29)
a2 a?. 82 a?.
U 11U, cloU Ul _
oxdt ¢y * i[ayz +azz] =0 (2.30)
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The ABCs in (2.29) and (2.30) have to be converted to forms suitable for integra-

tion with the FDTD algorithm. Mur proposed one scheme which is so popular that the

resulting equations named after him as Mur ABC. Let U%(0, j, k) represent a tangential
component of E or H at the x = 0 boundary, as illustrated in Fig. 2.1.3. The Mur scheme
approximates the partial derivative of (2.29) as numerical central differences expanded
about the auxiliary U component, U%(0.5, j, k), located one-half space cell from the grid

boundary. Firstly, the mixed x and t derivative is written as:

2 n n+1 n-1
3U 1 [aU AU ]
A = —| & -9 2.31)
oxot 05,k 2AH ox 05,/ k ox 05,/ k
_ 1 I:U"H(l,j,k)~U"+1(0,j,k)ﬂU"—l(l,j,k)—U"_l(O,j,k):I
N, Ax Ax

Next, the second time derivative is written as the average of the second time derivatives at

the adjacent points (0,j,k) and (1,.k):

n 2 n
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The second y derivative is written as the average of the second y derivatives at the adja-

cent points (04,k) and (1,j,k):
2 n 2 n 2 n
oo _ifad o
2 2| 5,2 2
9 o5k WV ok WV ik

_ 1[U"(o,j+1,k) —2U"(0,). k) +U”(o,j—1,k)]
2 2

_%[U"(l,j+1,k)—2U"(l,7j,k) +U"(1,j—1,k)] 2.33)

Ay~

Similarly, the second z derivative is written as the average of the second z derivatives at

the adjacent points (0,j,k) and (1,,k):

_ U, ). k+1) —2U"(0,j, k) +U" (0, j, k1)
2 Az
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Substituting the expressions (2.31) through (2.34) into (2.30) and solving for U*(0,j k),

the following time-stepping equation for U along the x = 0 grid boundary is obtained:
U0, 0 = U (LR
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AT Ax U (I,J,/\)"'Un (0,/, k)

* 2Ax

M(U"(l,j,kHU"(OJ, k))

+

(cAf) > Ax [U"(O,j+1,k)—2U"(0,j,k)+U"(0,j—-1,k)J
2Ay2(cAt+Ax) U'(L,j+1,k) =2U"(1,j, k) + U (1,j- 1,k

+

(cAD) *Ax [U"(O,j,k+1) _2U7(0,], k) + U (0., ke~ I)J
2A2° (cAt+A)\U" (1,/, k+ 1) —2U" (1,j, k) + U" (1, k—1)

(2.35)

Equation (2.35 ) is called the second order Mur ABC. The Mur ABCs at the other grid
boundaries can be obtained using a similar method. The first order Mur ABC can be

obtained by removing y and z terms. At x = 0, the first Mur ABC is:

U0k = U”(l,j,k)+§§;;§fc(u"+l(1,j,k)-U"(o,j,k)) 236)

This equation (2.36) can also be used in y and z directions. In this thesis, the first

order Mur ABC is used due to the dispersion characteristics of microstrip structures [10-
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117 {13] and no special treatment for the fields at the comers.

I §
| |
| U, j+1, k)

|
U(Oaj+15k) _— — - y=(j+1) Ay
) U(L, j, k) )
U(Oa.]a k) —_— - - Y=] Ay
. U@, j-1,k) )
U(O7J—la k) —— - }':(J’I)Ay
[ [
| [
1 1
x=0 X = Ax

Fig. 2.1.3 Boundary Points at x = 0 Used in the Mur ABC Difference Scheme

2.7 Choice of Excitation

When FDTD was used to solve eleciromagnetic problems in the early stages, sinu-

soidal excitation was often used because it is easy to implement. Time stepping is contin-

ued until steady-state field values are observed throughout the computational domain. As

a result, the structure will be analysed at one frequency per computational cycle. This is

similar to other frequency method. It’s time costing when the interested band of frequency
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is wide.

A pulse excitation is one of the best methods proposed to reduce the computational
time because one pulse contains extensive frequency spectrum components. It is like
injecting many frequencies to the target structure simultaneously and only one analysis
cycle is needed. The frequency-domain characteristics can be obtained via the Fourier
Transform [10]. However, longer simulation time is usually required and high frequency
noise are generated since the bandwidth of a pulse is theoretically infinite. But the advan-
tages of pulse-excited FDTD usually outweight its disadvantages because the overall com-
putational time can be reduced significantly.

Gaussian pulse is a popular choice for pulse-excited FDTD codes. It can be repre-

sented in the following formula:

-(t~1,) T
gty =e (2.37)
Its Fourier Transform is also Gaussian pulse in the frequency domain:
-TrzT:jz —527ftg
G(f) = JnTe e (2.38)

The parameters T & t; should be chosen so that:

a. the Gaussian pulse can provide relatively high signal levels within the frequency
range of interest to ensure good numerical accuracy;

b. the Gaussian pulse can provide small signal levels for high frequency components

which wavelengths are comparative to the step size for reducing noise and instabil-

ity;
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c. the Gaussian pulse must be wide enough to contain enough space divisions for a
good resolution after the space discretization interval A has been chosen to be fine
enough to represent the smallest dimension of the geometry structure and the time
discretization interval At has been selected small enough to meet the stability crite-
rion;

d. the spectrum of the pulse must be wide enough ( or the pulse must still be narrow
enough ) to maintain a substantial value within the frequency value of interest;

If the last two conditions can not be met simultaneously, the space discretization
interval A has to be re-chosen.

The pulse width W generally should be greater than 20 space steps. The pulse width
is defined as the width between the two symmetric points which have S5 percent of the

maximum value of the pulse. It can be estimated using the following formula [11].

W= 2"/2” (2.39)

Therefore, T is determined from:

10A

WERRY

T =

(2.40)

The maximum frequency which can be calculated is [11]:

1 _,,/§-v
Jmax = 57 = 2072 (241)

where v is the minimum velocity of pulse in the structure under consideration and A is the

space step. With the specific A, f,, is high enough to cover the whole frequency range of
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mterest.

The choice of the parameter t; should be made so that the initial “turn on” of the

excitation will be small and smooth. In the current work, t; 1s set to 3T so that the pulse is

down to e of its maximum value at the truncation time t =0 or t = 2ty Since the single

precision floating point is used in this study, the choice of t; is reasonable.

36



CHAPTER 3

Analysis of Conventional and Micromachined

Microstrip Circuits

In this chapter, three types of microstrip circuits will be analysed. They are: conven-
tional substrate microstrip patch antenna, micromachined and inverted micromachined

planar microstrip transmission lines

3.1 Analysis of Conventional Substrate Microstrip Patch Antenna

FDTD method has been used effectively to study the frequency-dependent charac-
teristics of microstrip discontinuities [10-11]. Using 3D FDTD analysis, this section will
discuss in detail the application of FDTD, the source of excitation and Absorbing Bound-
ary Conditions to the microstrip line-fed patch antenna to get its ime-domain waveforms
and calculate the frequency-dependent scattering parameters.

FDTD is chosen because it has many advantages over other methods. Frequency
domain analytical work with complicated microstrip circuits has generally been done

using planar circuit concepts in which the substrate is assumed to be thin enough that
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propagation can be considered in two dimensions by surrounding the microstrip with mag-
netic walls. Fringing fields are accounted for by using either static or dynamic effective
dimensions and permittivities. Limitations of these methods are that fringing, coupling
and radiation must all be handled empirically since they are not allowed for in the model.
The accuracy is also questionable when the substrate becomes thick relative to the width
of microstrip line [13]. It’s necessary to use full-wave analysis in order to fully account for
these effects. Other advantages of FDTD are its extreme efficiency, quite straightforward-
ness and can be derived directly from Maxwell’s equations.

The detailed geometry of the conventional substrate microstrip line-fed rectangular
patch antenna is given in the Fig. 3.1.1. It can be modelled easily by FDTD. The total

computational mesh dimensions are 60*100*16 in the x, y, z directions respectively. To

Reference Plane

0

Fig. 3.1.1 Conventional Substrate Microstrip Line-fed Rectangular Patch Antenna
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model the thickness of the substrate correctly, Az is chosen so that three cells exactly
match the thickness. Additional 13 nodes are used to model the free space above the sub-
strate. In order to model the patch antenna at x and y dimensions, Ax and Ay have to be
chosen so that an integer number of nodes will exactly fit rectangular patch. In this study,
the rectangular antenna patch is thus 32Ax * 40Ay. The length of the microstrip line from
the source plane to the front edge of the patch antenna is 50Ay. The reference plane is
placed 40Ay from the source plane. The microstrip line width is modelled as 6Ax.

In this model, Ax =0.389 mm, Ay = 0.4 mm, Az = 0.265 mm, At=Az/ 2c = 0.4411

ps. The Gaussian pulse width T = 15 ps = 34 At and t;) is set to be 3T so that the Gaussian

pulse will be:

_[:- 45 x 10‘”]2
E. =e > T (w/m) (3.1.1)

Initially, when t = 0 all fields in the FDTD computational domain are set to zero. The elec-
trical field E, is switched on with a Gaussian pulse which can be launched from approxi-
mately 0 underneath the microstrip line at the source plane shown in Fig. 3.1.1. The
Gaussian pulse waveform in time domain is shown in Fig. 3.1.2 and will be turned off
after it passes the source plane. The first order Mur ABC at y = 0 will be turned on at the
next time step at the source plane. Five Mur ABCs are used to absorb waves travelling in
five directions: +x, -x, +y, -y, +z. No ABC is placed at the z = 0 plane because there is a
ground plane at the bottom of the substrate.

The circuit considered in this study has a conducting ground plane and a single die-

lectric substrate with metal microstrip line and rectangular patch on the top of this sub-
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strate in the common microstrip configuration. These electric conductors are assumed to
be perfectly conducting and have zero thickness. The electric field components lying on
the conductors are set to be zero. The edge of the conductor should be modelled with one
more node with electric field components tangential to the edge of the metal set to be zero.

The Gaussian pulse will propagate along the transmission line until it reaches the
junction of the rectangular patch and transmission line. Then a part of the incident pulse
will be reflected to the source plane due to the mismatch at this junction and will be
absorbed by the ABC at the source plane. The rest of the incident pulse will keep going
and will be absorbed by ABC placed at +y end of the computational domain. Fig. 3.1.3
shows that the incident pulse and the reflected response in time domain undemeath the
microstrip line at the reference plane.

The microstrip line voltage V(t) relative to the ground plane can be obtained by:

v = [E.(n)dz (3.1.2)
h

where h is the thickness of the substrate in the z direction.The time domain V(t) can be

transformed into frequency domain V(@) by Discrete Fourier Transform in (3.1.3) :

©0

V() = j(V(:) -e"f"”)d: (3.1.3)

—oo

The return loss S;; over a range of frequencies can be obtained from:

Vref(m) - Vlatal (0) - Vinc (@)
7 (o) 7. (@)

inc

Sp(o) = (3.1.4)
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Fig.3.1.2 Time Domain Gaussian Pulse Waveform used for Excitation of FDTD
for Fig. 3.1.1
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The result of S;;, shown in Fig. 3.1.4, agrees very well with the measured result and
is better than the published calculated result [13]. Moreover, the field spatial distributions
of E, just undemeath the microstrip line at the reference plane along the time steps are

shown in Fig. 3.1.5-6 which agree very well with the published results [13]. This demon-

strates that programs for FDTD algorithm and ABC used in this study work correctly.

-5

=20+

—2s5} . . . . . . E . .

1 - L 1 i L L
o 2 4 6 8 10 12 14 16 18 20
Frequency (GHz)

Fig. 3.1.4 Return Loss |S{;| for the Microstrip Rectangular Patch Antenna
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Ez (W/im)

time steps 200

time steps 400

Fig. 3.1.5 The Time Domain Spatial Distributions of E, beneath the
Microstrip Line at the Reference Plane at Time Steps 200, 400
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time steps = 800

Fig.3.1.6 The Time Domain Spatial Distribution of E, beneath the
Microstrip Line at the Reference Plane at Time Steps 600, 800



3.2 Analysis of Micromachined Planar Microstrip Transmission Lines

Micromachined transmission lines are the basis of designing micromachined micro-
wave components and MMIC circuits which will constitute the next generation wireless
communication system. However, most of the previous work has focused on experimental
measurement. Nevertheless, good theoretical analysis and simulation before fabrication
can reduce the design cycle, error and cost greatly. Although a few modellings have been
carried out previously by L. Shafai et al. [24-25], more comprehensive, systematic and
further study still need to be done.

The types of geometry structures analysed are variations of microstrip lines on a
membrane over dielectric substrate on an infinite ground plane. In this study, it is assumed
that the fields of the lossy line are not greatly different from the fields of the lossless line
[43]. Thus, the perturbation theory is used to avoid the use of the transmission line param-
eter L, C, R and G, and instead uses the fields of the lossless line.

Fields components in time domain can be obtained from FDTD calculation and con-
sequently be transferred into frequency domain components by Fast Fourier Transform
(FFT). From the fields components in frequency domain, effective relative dielectric con-
stant and characteristic impedance can be calculated. As a result, dielectric loss and con-
ductor loss can be calculated through the perturbation theory [24-25] [49-50].

A gaussian pulse was used to excite across the front-end cross section plane
ABCD shown in Fig. 3.2.1 which is the general geometry structures of micromachined
microstrip transmission lines. Five first order Mur ABCs were used to absorb the

propagation waves in +x, -x, +y, -y and +z directions except at z = ( at which a ground
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plane is placed. The characteristic impedance of a microstrip line is obtained by

Z(@) =V (0)/I(0), where [(0) = § H (0)dl ,and V(0) = [,E_(0)dz . The

effective relative permittivity can be calculated from (3.2.1) to (3.2.3),

-Y(®) E (w,y=y,)

Y(o)L _ =z 5 _ ]
CE_(o,y=y) L=~y 3B.2.1)
Y(®) = a(e) +/B(w) (322)

_ B (o)
Ser(®) = 3 (3.2.3)
EoHo®

where Y (®) , (w) and B () are the complex propagation constant, attenuation constant
and phase constants, respectively. According to the perturbation theory, conductor loss is

given by ( 3.2.4 ) [49-50] where R (®), given in (3.2.5), is the surface resistance in the unit

R (@) [,/ (0)dx
2Z(®) 2
(s

o, (o) = ( neper/m ) (3.24)

Q/m. Z(w) is the characteristic impedance obtained from FDTD calculation. J(®) is the

surface current density along the width of microstrip line given by (3.2.6) in y direction.

R (@) = ;’—g (3.2.5)
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J(®) =n X Hy(w) (3.2.6)

In (3.2.5), ® = 2nf is a angle frequency, W is the permeability, ¢ is the conductivity. In

(3.2.6), H(w) is the tangential magnetic field just above the microstrip line. In this study,
Hy(w) = Hy(w) because only the currents flowing in the y direction are under
consideration. Dielectric loss can be calculated from the following formula (3.2.7) [49-50]
where k) is the wavenumber in free space, and tand is the tangential loss of metal
microstrip line. The value in the unit of neper/m can be transformed into the unit of db /m

by multiplying 20*logge [43].

seﬁ(m) -1

( neper/m ) (3.2.7)
e, —1 ) €, ﬁ,(a))

o, (©) = 0.5k tand (

The metal microstrip lines and ground planes are assumed to be infinitely thin and
the conductor is copper. Substrate parameters are tand = 0.0009, &, = £,» = 2.2. The con-
ductivity of copper is 5.813%¥107 S/m. The width of the metal microstrip line is W, =
0.0254 cm, the width of groove W varies from 0 cm, 2W,, 3W,, 4W,, to the suspended
case in which the bottom substrate is replaced with air or €, = 1. In all the calculations,
the groove space is filled with air. FDTD parameters used in the modelling process are dx
=dy =dz=4.233 * 10~ cm, dt=dx / 2c = 7.055 * 10"1# 5. The number of grids in x, y, z

direction is: ny = 80, n,, = 300, n, = 30 respectively. The gaussian pulse parameters are

chosen: T = 1.05825 * 10}% 5, t, = 3.17475 * 10712 5. According to (2.41), the maximum
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frequency is higher than 60 GHz.

Micromachined microstrip transmission lines with h; = 0.0127 cm, h, = 0.0254 cm,
the thickness of the upper and bottom substrate, were studied at first. The calculated effec-
tive relative permittivity is shown in Fig. 3.2.2 from which it can be seen that the effective
relative permittivity decreases along with the increase of the groove width at all frequen-
cies from O to 60 GHz. The result from the commercial simulation software PCAAD for

the case Wy =0 is also provided in Fig. 3.2.2 and is lower than the result of FDTD. In Fig.

3.2.3 the dielectric loss versus frequencies from 0 to 60 GHz is shown. It can be seen that
dielectric loss increases linearly with the increase of frequencies at a given groove width.
At a given frequency, the dielectric loss of micromachined microstrip transmission line
decreases as the groove width increases. Micromachined microstrip transmission line
without any groove has the highest dielectric loss at any frequency while the suspended
micromachined microstrip transmission line has the lowest dielectric loss at all frequen-
cies. This can be explained that with the increase of the groove width, more and more sub-
strate is replaced with the air, &, = 1. Consequently, the effective permittivity and the
dielectric loss decrease with the increase of the groove width. Fig. 3.2.4 shows conductor
loss versus frequencies from 0 to 60 GHz for micromachined microstrip transmission
lines. There is little reduction in the conductor loss with the increase of groove width at
any given frequency of interest. However, conductor loss is much higher than dielectric
loss at all frequencies. Therefore, in micromachined microstrip transmission lines conduc-
tor loss is the main source of resistive loss. The dielectric loss, conductor loss and charac-

teristic impedance from PCAAD for the conventional substrate case ( W; = 0 ) are also

plotted in the Fig. 3.2.3-4. The dielectric loss and conductor loss from FDTD are about
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Fig.3.2.1 Geometry Structure of Micromachined Microstrip Transmission Line

49



2 T L] L4 L LY
- - - - e - - - . e - - - - - - - - - - b e
- he -
1_8 L . . - . P Coe A - e . . - - < - -
o (=] Q o o Q o o Q (=] [+ o o (=] o o (=] o o [«] (=] o Q o (=] (=)
g ,>,.__ .................................
E 1-6 — I.' oo T T T T T T T e T =3
% x x x x x x x x » x » x = x x »
=
% 1.4+ s — . . . . - . e -
f' o © OOoo°°°°°°°°°°°°oooooo<>_
g |ip A e
E -
wnr
1.2 - W1=0,W2=0.0254cm
S——— W1=W2 W2=0.0254cm
x W1=2W2 W2=0.0254cm
_— W1=3W2 W2=0.0254cm
4 W1=4W2 W2=0.0254cm
1 -———- Suspended Case
o PCAAD W1=0
0 30 40 50 60
Frequency(GHz)

Fig. 3.2.2 Effective Relative Permittivity for Fig. 3.2.1 between Y =130 dy & 150 dy

6 T T ) v L} -
. W1=0,W2=0.0254cm *
------- W1=W2,W2=0.0254cm *
x W1=2W2 W2=0.0254Ccm * .
5| — W1=83W2 W2=0.0254cm | - ; o ® B
o W1=4W2 W2=0.0254cm | - ® - -
—---- Suspended Case . e
. PCAAD W1=0 ° . P
A4 L LT T e " e R ,’.’v' Ce e
(3 » _.-
o ° "/ *
3 - » ’_’» x x
7] L4 - x
§ - ° L4 - - x * - ' 9_
o - _ - x _e -
£ - . < " " o- e
O - . x - 4
K} . - x P
o e - x L
2 . - " > o7 —
- -7 x * R
. P x . Y -4
_ - x — e -
- I."A " x = o ©
1k L T e o T -
-
f,-’x’ =
/",
0 & 1 1 i —l 1
[+] 10 20 30 50 60
Frequency (GHz)

Fig. 3.2.3 Dielectric Loss for Fig. 3.2.1 between Y =130 dy & 150 dy

50



10

Conductor Loss {dB/m)
()]

<

W1=0,W2=0.0254cm
W1=W2 W2=0.0254cm
W1=2W2 W2=0.0254cm
W1=383W2 W2=0.0254cm
W1=4W2 W2=0.0254cm
Suspended Case
PCAAD W1=0

10

20

30
Frequency (GHz)

S0 60
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Fig. 3.2.8 Electric & Magnetic Fields Distribution at 15 GHz at Y= 150 dy
in X-Z Plane for Fig. 3.2.1 with W =0, Units: E: V/m, H: A/m
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Fig. 3.2.9 Electric & Magnetic Fields Distribution at 30 GHz at Y= 150 dy
in X-Z Plane for Fig. 3.2.1 with W =0, Units: E: V/m, H: A/m
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1 dB/m higher than those from PCAAD at 60 GHz for the case W; = 0 in Fig. 3.2.3-4. Fig.

3.2.5-7 show characteristic impedances of micro-machined microstrip transmission lines
versus frequencies at Y = 30 dy, 50 dy and 150 dy respectively. The characteristic imped-
ance increases with the increase of grooved width for most frequencies in Fig. 3.2.5. For
the most groove widths, the characteristic impedance decreases with the increase of fre-
quencies except that the conventional microstrip transmission line at the frequencies
higher than 40 GHz. In Fig. 3.2.7 the result of the conventional case W = ( agrees very
well with the Libra calculation results. The reason for different characteristic impedances
at different positions along y axis is that the electromagnetic wave around the exciting
source plane has several modes. When it travels along the +y direction, some modes dies
gradually and only quasi-TEM wave exists. That is also why the characteristic impedance
at the location far enough from the source plane agrees better with the Libra result. For the
suspended case in Fig. 3.2.6-7, when the frequency is close to 60 GHz, the characteristic
impedance is even lower than that of the case W; = 3 W,. This needs further investigation.
( Fortunately, when the write-up of this thesis was almost done, some encouraging results
were obtained from the further study and are appended at the end of this thesis as Appen-
dix B.)

In addition, for the micromachined microstrip transmission lines, the field distribu-
tions underneath the microstrip line in frequency domain at 15 & 30 GHz are obtained
from FDTD calculation. The six field components distributions of Ey, Ey, E,, Hy, Hy and
H, for the case of the micromachined microstrip transmission lines for Fig. 3.2.1 with W
=0 at 15 & 30 GHz are given in Fig. 3.2.8-9 respectively. The field distributions for the

case with W; = 3W, at 30 GHz are shown in Fig. 3.2.10. It is evident that for the conven-
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tional microstrip transmission lines without any groove, the most energy of E, and E, is
focused closely underneath the substrate surface, and E, concentrates at the both fringes
of the conductor microstrip transmission lines. Fig. 3.2.8-9 also show that E, radiates
more towards the outside of the substrate into the free space at high frequencies than it
does at low frequencies. However, for the micromachined microstrip transmission lines (
groove width Wy # 0 ) in Fig. 3.2.10, all the energy of E,, and E, are concentratedin the
groove which is filled with air. This can explain why the dielectric loss reduces in the
micromachined microstrip transmission lines. Moreover, much more information and
graphs about this study are shown in [44].

When h; = 0, the upper substrate in Fig. 3.2.1 is modelled as the infinite thin mem-
brane. The effective relative permittivity, dielectric loss and conductor loss versus fre~
quencies for different groove widths are shown in Fig. 3.2.11-13 respectively. The
effective relative permittivity reaches as low as £, = 1 at the suspended case just as
expected. As a result, the dielectric loss decreases greatly and approaches zero at the sus-
pended case. PCAAD is used to calculate the conventional substrate case and the results
are plotted in the corresponding figures too. Fig. 3.2.12-13 show that dielectric loss and
conductor loss from FDTD are about 1 dB/m higher than the results from PCAAD for the
case Wi =0 at 60 GHz. Fig. 3.2.14 indicates that characteristic impedance increases from
75 Q to around 98 Q with the increase of groove width at all frequencies. The Libra calcu-
lation for the characteristics impedance of the conventional microstrip transmission line is
also given for comparison in Fig. 3.2.15-16. It is shown that the results of Libra using
quasi-static method are about 8 € higher than the results of this study which uses FDTD

method at all frequencies of interest.
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3.3 Inverted Micromachined Planar Microstrip Transmission Lines

The inverted micromachined microstrip transmission lines are also studied. The
cross-section of the geometry structures is shown in Fig. 3.3.1. The effective relative per-
mittivity, dielectric loss, conductor loss and characteristic inpedance are shown in Fig.
3.3.2-7. Conclusions to the inverted micromachined microstrip transmission lines are sim-
ilar to those obtained from the micromachined microstrip transmission lines.

After comparing these three groups of figures, Fig. 3.2.2-7, Fig. 3.2.11-16 and Fig.
3.3.2-7, for different geometry structures, some conclusions can be obtained. Although an
inverted microstrip transmission line with conventional substrate ( groove width W; =0)
has higher dielectric loss in Fig. 3.3.3 than a corresponding conventional microstrip trans-
mission line ( W; = 0) has in Fig. 3.2.12, the other inverted micromachined microstrip
transmission lines ( groove width W # 0 ) have lower dielectric loss than those of the cor-
responding micro-machined microstrip transmission lines ( groove width Wy # 0 ). How-
ever, the conductor loss of the inverted micromachined microstrip lines is generally 2 dB
higher than that of micromachined counterparts at almost all frequencies and groove
widths under the consideration. Moreover, the dielectric loss of the micromachined micro-
strip transmission lines with two different upper substrate thickness in Fig. 3.2.3 ( with h;
=0.0127 cm ) and Fig. 3.2.12 (with h; = 0 ) are also compared. As a result, it is found that
the thickness of upper substrate ( or membrane ) has a great influence to the dielectric loss

of the micromachined microstrip transmission lines. The thinner the upper substrate is, the

less dielectric loss it will have although the conductor loss does not change too much.
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CHAPTER 4

Analysis of Low Loss Coplanar Waveguide

Transmission Lines

In this chapter four types of novel low loss coplanar waveguide ( CPW ) transmis-
sion lines are analysed with FDTD. They are trenched or micromachined coplanar

waveguide transmission lines with or without a bottom ground plane.

4.1 Analysis of Trenched Coplanar Waveguide Transmission Lines

Coplanar waveguides are used extensively in microwave & millimeter-wave compo-
nents, circuits, MMIC & wireless communication systems. In this section, FDTD is used
for the first time to analyse the resistive loss and other characteristics of trenched coplanar
waveguide transmission lines. Two kinds of trenched coplanar waveguides, with and with-
out a bottom ground plane, are studied in this section. Trench coplanar waveguide is
formed by trenching two gaps, at both sides of the central transmission line, further inside
the substrate. The width of trenches are the same as that of the gaps. The characteristics of

a trenched coplanar waveguide transmission line vary as its trench’s depth varies.

66



4.1.1 Trenched Coplanar Waveguide Transmission Lines without a Bottom Ground

Plane

The geometry structure of trenched coplanar waveguide transmission lines without a
bottom ground plane is shown in Fig. 4.1.1. A central transmission line is placed between
two coplanar ground planes. The width of central coplanar waveguide transmission line is
W, = 0.0254 cm. The gap width Wy, the same as the trench width, is equal to the half of
the transmission line width W,, W; = 0.5 * W, = 0.0127 cm. The trench depth is a varia-
ble. The substrate relative permittivity is &, = 2.2. Six first Mur ABCs are used to absorb

the propagation waves in six directions. Initially, all fields are set to zero. Att = 0, two
gaussian sources are excited simultaneously between the central transmission line and two
coplanar ground planes at the surface of the substrate in the front cross section plane
shown in Fig. 4.1.1. Its effective relative permittivity, dielectric loss, conductor loss and
characteristic impedance are shown in Fig. 4.1.2-5.

Fig. 4.1.2 shows that effective relative permittivity decreases as the trench depth
increases at all frequencies from 0 to 110 GHz. In Fig. 4.1.3 dielectric loss reduces greatly
at the end of high frequency with the increase of the trench depth. For a coplanar
waveguide without any trench (h = 0 ), the dielectric loss is 5.5 dB/m at 60 GHz and 10.5
dB/m at 110 GHz respectively. Moreover, with trench depth 0.0381 cm, the dielectric loss
is 2.1 dB/m at 60 GHz and 4.1 dB/m at 110 GHz respectively. So the trench depth effects
the dielectric loss greatly. In addition, Fig. 4.1.5 indicates the characteristic impedances

decrease with the increase of frequency at a given trench depth. This agrees with the
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conclusion of S. Yang [40]. The characteristic impedance changes little at different loca-
tions along Y axis [44]. Therefore, only the characteristic impedance at Y = 150 dy is plot-
ted. The electric and magnetic field distributions at 15 GHz at Y =150 dy in X-Z plane
with h =0 c¢m, 0.016932 cm are shown in Fig. 4.1.6-7 respectively. Both Fig. 4.1.6-7 show

that most of E, & E, focuses on the fringes of the conductors due to the singularities. Most
of the propagation energy E, in Fig. 4.1.6 without a trench is focused just above the cen-
tral conductor transmission line and at the interface between the substrate and the air
under the central transmission line. In Fig. 4.1.7 some E,, exists inside the trenches so that
the energy focusing at the horizontal interface between the substrate and the air under the
central transmission line decreases. Consequently, the effective permittivity and the die-

lectric loss is reduced.

4.1.2 Trenched Coplanar Transmission Lines with a Bottom Ground Plane

In this subsection trenched coplanar waveguide transmission lines with a bottom
ground plane are studied to compare their results with their counterparts without a bottom
ground plane. The geometry structure of a trenched coplanar waveguide transmission line
with bottom ground plane is shown in Fig. 4.1.8. Three gaussian pulses are excited simul-
taneously. One of them, is excited between the central conductor transmission line and the
bottom ground plane in ABCD area in the front cross-section plane shown in Fig. 4.1.8.
The other two are excited between the central conductor transmission line and the copla-
nar ground plane at the surface of substrate in the front cross-section plane. Due to the

three ground planes, the amplitude and phase of three pulses have to be selected properly
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so that the voltages and phases between the central transmission line and three ground
planes are the same in this case. For the practical use, one has to be careful to choose exci-
tation pulses. In addition, five first order Mur ABCs are used to absorb propagation waves
in five directions because there is a bottom ground plane at z = 0. The corresponding effec-
tive relative permittivity, dielectric loss, conductor loss and characteristic impedance are
shown in Fig. 4.1.9-12. The results are quite similar to the counterparts without a bottom
ground plane described in the previous subsection.

The comparison between Fig. 4.1.2 and Fig. 4.1.9 shows that the trenched coplanar
waveguide transmission lines with a bottom ground plane have higher effective relative
permittivity than those without bottom ground planes at a given trench depth at all fre-
quencies. Fig. 4.1.10 shows the dielectric loss at 60 GHz with a trench depth h = 0 cm,
0.0381 cm are 6 dB/m, 3 dB/m respectively which are 0.5 dB/m, 0.9 dB/m higher than the
counterparts without a bottom ground plane in Fig. 4.1.3. In Fig. 4.1.12, the characteristic
impedance decreases with the increase of frequencies at a given trench depth. The charac-
teristic impedance increases along with the increase of a trench depth. Besides, the com-
parison between Fig. 4.1.5 and Fig. 4.1.12 indicates that the trenched coplanar waveguide
transmission lines with a bottom ground plane have lower characteristic impedance than
the corresponding ones without a bottom ground plane at all frequencies for all the given
trench depths.

The electric and magnetic fields distributions at 15 GHz at Y = 150 dy in X-Z plane
with h = 0 cm, 0.016932 cm are shown in Fig. 4.1.13-14 respectively which indicate that

most of E; & E, focuses on the fringes of the conductors due to the singularities. In Fig.

4.1.13, there is a small E, field between the upper conductor plane and the bottom ground
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plane. While in Fig. 4.1.14, some energy of E, exists in the trenches which are filled with

the air. As a result, the effective permittivity and the dielectric loss decrease.
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Fig. 4.1.8 Geometry Structure of Trenched Coplanar Waveguide Transmission Line
with a Bottom Ground Plane
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4.2 Analysis of Micromachined Coplanar Waveguide Transmission Lines

In this section, dielectric loss, conductor loss and other characteristics of microma-
chined coplanar waveguide transmission lines with grooves extending undemeath the cen-
tral transmission line and coplanar ground planes will be studied and compared to those of
the trenched coplanar waveguide transmission lines and micromachined microstrip trans-

mission lines analysed previously in this thesis.

4.2.1 Micromachined Coplanar Waveguide Transmission Lines with a Bottom

Ground Plane

The geometry structure of micromachined coplanar waveguide transmission lines
with a bottom ground plane is shown in Fig. 4.2.1. The top and bottom conductor ground
planes and the metal central transmission line are assumed to be infinitely thin. Three
Gaussian pulses are excited simultaneously between the central conductor transmission
lines and 3 ground planes shown in Fig. 4.2.1. Two grooves are micromachined symmetri-
cally underneath the upper conductor planes and the gaps. Their depths are the same as the
thickness of the substrate. The substrate is micromachined gradually towards underneath
the central transmission line and the coplanar conductor ground planes. The cross sections
of all the cases studied in this subsection for micromachined coplanar waveguide trans-
mission lines with a bottom ground plane are shown in Fig. 4.2.2. The effective relative
permittivity, dielectric loss, conductor loss and characteristic impedance are shown in Fig.

4.2.3-6. Fig. 4.2.3 indicates that the effective relative permittivity decreases from 1.85to 1
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with the increase of groove width up to the suspended case, in which the substrate is
replaced with the air completely. Consequently, the dielectric loss can reach as low as zero
at the suspended case in Fig. 4.2.4, just as we expected. It is also noticed that for the case
1 in Fig. 4.2.2 with W, = 0.016932 cm, although the groove has a little extension into the
substrate underneath the central transmission line, the dielectric loss has a great reduction
from 6 dB/m to 2 dB/m at 60 GHz shown in Fig. 4.2.4. In the case 3 in Fig. 4.2.2 with W,
= (.0254 cm, when the substrate underneath both the central transmission line and the
gaps are grooved entirely, the dielectric loss reaches as low as 0.3 dB/m at 60 GHz. In the

case 4 in Fig. 4.2.2 with W = 0.033864 cm, while the groove extends into the substrate

underneath the coplanar ground planes, the dielectric loss in Fig. 4.2.4 is nearby 0 dB/m.
The reason for this is that its behavior in this case is just like a TEM wave propagating
within a metal rectangular waveguide with two slots at the top. In addition, the conductor
loss decreases from 16.2 dB/m to 11.7 dB/m in Fig. 4.2.5. Fig. 4.2.6 illustrates that charac-
teristic impedance decreases with the increase of frequency at a given groove width from
0 to 60 GHz. It increases with the increase of groove width at a given frequency point for
all the frequencies of interest.

The six field component distributions for the case 2 and the case 4 at 15 GHz are
shown in Fig. 4.2.7-8, respectively. They indicate that most of E, focuses at the vertical
interface between the groove and the substrate. Except for the part of E, just above the
central conductor transmission line and on the fringes of the coplanar ground planes,
almost half of the other Ey energy concentrates inside the groove and another half exists

inside the substrate. Most energy of E, and E, concentrates on the fringes of the conductor

planes which are singularities.
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Transmission Line with a Bottom Ground Plane
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Effective Relative Permittivity

Fig.4.2.3 Effective Relative Permittivity for Fig. 4.2.1 between Y = 130 dy & 150 dy
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Ez @ 15GHz @ Y=150dy

40

Fig. 4.2.7 Electric & Magnetic Fields Distributions at 15 GHz at Y=150 dy in X-Z
Plane for Case 2 in Fig. 4.2.2, Units: E: V/m, H: A/m
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Ez @ 15GHz @ Y = 150 dy

Fig. 4.2.8 Electric & Magnetic Fields Distributions at 15 GHz at Y=150 dy in X-Z
Plane for Case 4 in Fig. 4.2.2, Units: E: V/m, H: A/m
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4.2.2 Micromachined Coplanar Waveguide Transmission Lines without a Bottom

Ground Plane

Micromachined coplanar waveguide transmission lines without a bottom ground
plane in Fig. 4.2.9 are studied in this subsection. The geometry parameters are the same as
those in the previous subsection 4.2.1 except without a bottom ground plane. Only two
Gaussian pulses are excited in the front cross section plane at the top surface of the sub-
strate between the central transmission line and two coplanar ground planes shown in Fig.
4.2.9. Six first order Mur ABCs are used to absorb propagation waves in six directions.

Six cases will be studied in this subsection. The cross sections of the geometry struc-
tures under the consideration are the same as those in Fig. 4.2.2 except without a bottom
ground plane. The groove width is the variable. The case 1 with W; =0.016932 cm in Fig.
4.2.10 has lower effective relative permittivity, €. = 1.18 than that of the case with h =

0.0381 cm in Fig. 4.1.2, &y = 1.28. It is reasonable because the former one has a wider

groove width than the latter and consequently the former one has a lower effective permit-

tivity. As a result, the dielectric loss in the case 1 with W; =0.016932 cm in Fig. 4.2.11 is

lower than that of the case h=0.0381 cm in Fig. 4.1.3.

The conductor loss in Fig. 4.2.12 drops from 14 dB/m to 10.5 dB/m at 60 GHz from

the conventional case W; = 0 to the suspended case respectively. It is also noticed that
when the groove width equals to 2W; =2 * 0.033864 cm = 0.067728 cm, the conductor

loss is as low as that of the suspended case in the Fig. 4.2.12. In Fig. 4.2.11, the dielectric

loss of the case W = 0.033864 cm approaches zero which is the result of the suspended

case. Namely, the performance of the suspended case can be achieved by the non-sus-
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pended case which can be fabricated much easier than the suspended one.

Field components distributions are shown in Fig. 4.2.13-14 for the cases W; =
0.021165 cm and W = 0.033864 cm respectively. Fig. 4.2.13 indicates that most of the
propagation energy E, concentrates at the vertical interface between the groove and the
substrate along the z direction and radiates into the free space from the substrate through

the horizontal interface between the bottom substrate surface and the air. When the sub-
strate underneath the central transmission line isn’t grooved completely with W, =
0.021165 cm shown in Fig. 4.2.2, some E, radiates on the top side of the central transmis-
sion line as well as on the edges between the coplanar ground planes and gaps shown in
Fig. 4.2.13. When the substrate underneath the central transmission line is grooved com-
pletely, there isn’t any radiation just above the metal central transmission line illustrated in
Fig. 4.2.14. Other field components in Fig. 4.2.13-14 concentrate mainly around the
fringes of the conductors.

Furthermore, the results obtained from the micromachined coplanar waveguide
transmission lines with and without a bottom ground plane are compared. First of all, the

comparison between Fig. 4.2.3-4 and Fig. 4.2.10-11 indicates that when W; < 0.021165

cm, the latter has lower effective permittivity and dielectric loss than the former from 0 to
60 GHz. Moreover, the conductor loss of the former in Fig. 4.2.5 is higher than that of the
latter in Fig. 4.2.12 from 0 to 60 GHz. When W; => 0.021165 cm, the latter has higher
effective permittivity and dielectric loss than the former one at all the frequencies of inter-

est. However, the reason needs to be investigated further.
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CHAPTER S

Conclusions and Future Work

This thesis is devoted to the analysis of low loss microwave & millimeter-wave pla-
nar transmission lines. The study in this thesis shows that micromachined & inverted
micromachined microstrip transmission lines, trenched & micromachined CPW transmis-
sion lines have performance superior to their corresponding conventional counterparts.
The significant contribution of this thesis is that, for the first time, it analyses microwave
& millimeter-wave low loss planar transmission lines comprehensively, and provides the
systematic analysis, on the basis of which the future experiment can be done more effi-
ciently.

Finite-Difference Time-Domain (FDTD) method is used in this thesis because it is
an efficient and relatively new method in electromagnetics compared to other conven-
tional methods. It can get calculation result over a wide frequency range of interest at one
calculation cycle. Another important advantage of FDTD over other methods is its geo-
metrical and material generalities so that it can be used to analyse the isotropic inhomoge-
neous structures very well.

As the first case, FDTD was used to solve the conventional substrate microstrip

patch antenna fed by non-symmetrical microstrip line. The calculated S;; and field distri-

butions agree well with the published and measured results.
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Then in the second case: micromachined microstrip transmission lines were ana-
lysed by FDTD. They include three types: the micromachined microstrip transmission
lines with thick upper substrate, with very thin upper substrate ( membrane ) and inverted
micromachined microstrip transmission lines. By the use of perturbation theory, the effec-
tive relative permittivity, dielectric loss, conductor loss and characteristic impedance are
obtained. The results for the conventional substrates agree well with those from commer-
cial antenna simulation software. It is found that although an inverted microstrip transmis-

sion line with conventional substrate ( groove width W; = 0 ) has higher dielectric loss
than a corresponding conventional microstrip transmission line ( Wy = 0 ), the inverted
micromachined microstrip transmission lines ( groove width W; # 0 ) have lower dielec-

tric loss than those of the corresponding micromachined microstrip transmission lines (

groove width W; # 0 ). However, the conductor loss of the inverted micromachined

microstrip lines are generally 2 dB higher than that of the micromachined counterparts
from 0 to 60 GHz. It 1s also discovered that the thickness of the upper substrate has a great
influence on the dielectric loss of micromachined microstrip transmission lines. The thin-
ner upper substrate it has, the less dielectric loss it will have, although the conductor loss
does not change too much. Furthermore, a conclusion can be obtained that with the
increase of the groove volume underneath the central transmission line, the dielectric loss
decreases greatly while the conductor loss changes little. However, the conductor loss is
higher than the dielectric loss at all frequencies. Thus, the conductor loss is the main
source of resistive loss in this kind of structures. In addition, the spatial electric and mag-
netic fields distributions in frequency domain were obtained from time domain via FFT. It

is found that the propagation wave energy is concentrated within the groove filled with the
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air and thus the dielectric loss of the whole structure under consideration is reduced. The
study also shows that micromachined microstrip transmission lines can provide the most
compact geometry and can be integrated with EM-coupled slots and simple fabrication.
The third type, trenched and micromachined coplanar waveguide transmission lines
were studied extensively using FDTD for the first time. The trenched or micromachined
coplanar waveguide transmission lines with various geometrical parameters were investi-
gated with or without a bottom ground plane. The effective relative permittivity, dielectric
loss, conductor loss, characteristic impedance and spatial field components distributions in
frequency domain were obtained and shown. It was found that grooves underneath the
central transmission line and gaps can reduce the dielectric loss greatly. With the increase
of groove volume, the effective relative permittivity and the dielectric loss will decrease
further. However, the conductor loss changes little. If the groove volume increases to
reach some value, the dielectric loss approaches to zero and the conductor loss will be as
low as that of the suspended case. This provides the opportunity for microwave engineers
to design low loss planar transmission lines, or planar microwave components and circuits
at very high frequency which can get loss as low as the ideal suspended case. The field
component distributions show that in the trenched and micromachined cases, the most
propagation energy concentrates at the vertical interface between the substrate and the
groove filled with the air. As a result, there is lower dielectric loss in the whole structure
and less radiation into the air outside of the whole structure under the consideration. Other
field components focus mainly around the edges of the conductor planes. It shows that
micromachined or trenched coplanar waveguide transmission lines can provide better field

confinement and performance than the conventional counterparts.
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Furthermore, this work is the first step to study theoretically low loss microwave &
millimeter-wave planar transmission lines using FDTD. FDTD in lossy media [45] will be
used as the next step. And the effect of ABC to the results need to be studied. Or, a more
efficient ABC, such as Perfect Matched Layer (PML) [20] will be used. Other future work
might include the fabrication and measurement of the low loss microwave or millimeter-

wave planar transmission lines or circuits.
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APPENDIX A

Interface Condition Between Two Dielectric Material

Suppose there is an interface plane lying in the y-z plane between two different

layers with relative permittivities £; and &, respectively. To calculate the E, and E, on the

interface, we start from one of the Maxwell’s equations:

dE, 1|0H, OJH, £ .
m—aﬁ—a—i—ci}) (A)

where i = I, 2 denote the different permittivities and conductivity. Rewrite (A.1) as:

aEy_ 1| 9H, of E A2
a Tl x| o A2)
aEy_ 1| 0H, OJH, E A3
3% "5\ o |, O (A-3)

Since E,, H, and dH, / dz are continuous across the interface, it is obvious that JH,, /

Jx is discontinuous across the interface; hence, by subtracting (A.3) from (A.2), we get:
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G, © dH o0H . o0H_
=_1lg = (l“-l_)_X_l z L2 (A4)
&, & )7 €, €/9z &,0x , £0x |
Approximate 8H2/8x|1and E)Hz/axlz by:
oH | H_(m)-H.(m-0.5)
e (ax) /2 (A-3)
3H,|  H_(m+0.5) —H_(m)
ox |, (Ax) /2 (A-6)

where m is assumed to be the position of the interface, and m+0.5 and m-0.5 denote the
position of a half step above and below the interfaces respectively in the x direction.

Substituting (A.5) and (A.6) into (A.4), we have:

€,

!
H:(m) = 81_{_z‘:z.F{:(m-i-O.S) + 1+82H:(m—0'5)
&, —~&,0dH_ €,6,—-¢.0
LAXT TPy T T 1T (A7)
2 g +e,0z g, te, ¥

Substituting (A. 7) back into (A.5) and (A.6), then substituting the resulting expres-

sions in (A.2) and (A.3) and adding them together, it is finally obtained:
o, + 0'2E LB +e,0E, é{ix AH_

2 y 2 of 9z Ax (A-8)
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Following the similar procedure, it can also be shown that:

o, +02E L& +€,0E_ _ AHy__aﬁlx
2 z 2 dt Ax dy

(A9)

Equations (A.8) and (A.9) can be interpreted physically as using the average of the param-

eters of the two different dielectric layers in the standard FDTD algorithm.
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Appendix B

Computational Domain Effect on the Results

This appendix studies the effect of two different computational parameters on the
results, the computational domain size and separation distance L in the equation (3.2.1) in
Section 3.2.

Firstly, the computational domain is enlarged by putting the top ABC further away
from the micromachined planar microstrip transmission lines and moving the two-side
ABC:s further towards the outside. So the grids of computational domain are: 160 dx * 300
dy * 60 dz which is 4 times as large as the corresponding amount of the grids in Section
3.2. As a result, the computer memory and computing time is 4 times of those needed in
Section 3.2. Other parameters are the same as those in Fig. 3.2.1. The results of effective
relative permittivity, dielectric loss, conductor loss and characteristic impedance are
shown in Fig. B.1-6.

After comparing the Fig. 3.2.2-7 and Fig. B.1-6, it is found the calculation results of
the characteristic impedance using large computational domain is better than those using
small computational domain. However, the effective relative permittivity, dielectric loss
and conductor loss have little improvement. These results also show that the distance of
reference plane from the ABC walls and the middle point of transmission line can effect
results. Therefore the reference plane should be selected to be far away from the ABC

walls and the middle point of the transmission line. Although this appendix is from the
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Section 3.2, this method can be applied to the other sections of this thesis .

To examine the effect of L in the results, L is changed in equation (3.2.1) is changed
from 20 dy to 10 dy and 40 dy, respectively, while keeping all other parameters
unchanged. The corresponding effective relative permittivities are plotted in the Fig. B.7

and Fig. B.8 respectively. They are the same as those in Fig. 3.2.2. It indicates that L has

no influence on the result.
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Appendix C

Effect of Time Steps on the Results

This appendix provides the study of effect of time steps on the effective relative per-
mittivity, especially at low frequency end. Time steps 8000 and 20000 are used for the cal-
culation for the case in Fig. 3.2.1. The corresponding effective relative permittivities at
low frequency end are enlarged and plotted in Fig. C.1 and Fig. C. 2. They show that with

larger time steps the accuracy of effective relative permittivity at low frequency end

improves.
2 T 1 T T T T T T T
. - - - - - - - - LJ - - - 3
1.8 . : -
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2 e
E 16} . < . B
g 1 x ,‘ x x x 3 x x x x x x x x
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Fig. C.1 Effective Relative Permittivity for Fig. 3.2.1 between Y = 130 dy & 150 dy
with Time Steps 8000
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Effective Relative Permittivity
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Fig. C.2 Effective Relative Permittivity for Fig. 3.2.1 between Y = 130 dy & 150 dy
with Time Steps 20000
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Appendix D

Discrete Fourier Transform

The Discrete Fourier Transform ( DFT ) used in this thesis is:[51]

S AT

X (k) =% x[n]e k=0,1,2,.... N-1 D.1)
n=0
where N is the total number of discrete time-domain points, x[n] is the values in time
domain and X(k) is the values in frequency domain.
In this thesis the Fast Fourier Transfrom ( FFT ), which is a fast DFT, is used from
Matlab. The frequency resolution in FFT is df = 1/(N*dt), where dt is the time step incre-

ment in FDTD.
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